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Abstract—We present a wideband architecture for ∆Σ∆Σ∆Σ∆Σ 

modulators using a single active stage and two switched capacitor 

passive stages. The mixed active-passive implementation has 

performance advantages over traditional Switched Capacitor 

(SC) or Continuous Time implementations, particularly for high 

resolution, wideband applications with high sampling rates and 

moderate oversampling ratios. Design insensitivity to clock jitter 

and process variations is achieved by the good choice of the 

modulator architecture. The proposed modulator is designed in 

0.13-µµµµm CMOS technology and meets all major requirements for 

application in IEEE 802.16 wireless MAN receivers. Circuit 

simulations show that the modulator with a single bit quantizer 

consumes 5.5 mW from a 1.2 V power supply and achieves a 9-b 

resolution over a 10-MHz bandwidth at an OSR of 32. Good 

performance is also achieved for lower bandwidth applications. 

 
Index Terms—ADC, Delta Sigma, Passive, Switched-

Capacitor, Wideband, Receiver  

 

I. INTRODUCTION 

ECENT demand for wideband, high resolution A/D 

converters for telecommunication applications requires 

very high sampling frequencies. The continuously dropping 

supply voltage of modern CMOS technologies puts severe 

limitations on the performances of switched-capacitor (SC) 

circuits. High switch resistance limits signal range and 

constrains the achievable sampling frequency. Circuit 

techniques, such as switch bootstrapping [1] and switched-

opamp [2], overcome this problem. However, these techniques 

are rather complex and still limit the sampling frequency. 

Continuous-time (CT) circuits do not suffer from these 

limitations and are therefore capable of achieving higher 

performances in low-voltage CMOS processes. Input-signal 

sampling errors, like settling-time errors and charge injection, 

are other discrete-time (DT) problems that do not exist in CT 

circuits. On the other hand, the mixed (CT-DT) nature of CT 

∆Σ modulators makes them more difficult to design and 
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simulate. In addition, CT ∆Σ modulators need at least one 

amplifier per pole to realize higher order modulators. This 

leads to a long list of problems: mismatch, need for complex 

tuning circuitry, process scaling difficulty, and increased 

power consumption and area. Moreover, noise due to clock 

jitter is a limiting factor in high resolution A/D converters. The 

passive ∆Σ modulator (PSDM) is considered an excellent 

solution to reduce area, complexity, and power consumption 

[3]. However, since there is no gain inside the loop filter, it 

becomes susceptible to noise coupling. In addition, very small 

signal swing at the comparator input makes the comparator 

design a very difficult task and limits design scaling to higher 

orders. Furthermore, the comparator offset directly limits the 

modulator resolution, since there is no DC gain inside the loop 

to scale down the input-referred offset. 

In this work, we present a third-order, single-bit modulator 

that mixes two passive SC filters with one active CT 

integrator. This solves the problems arising in PSDM due to 

the lack of loop filter gain, without significantly increasing the 

power consumption or circuit complexity. In the following 

sections, we show how this scheme can alleviate jitter and 

tuning problems of conventional CT ∆Σ modulators. 

The paper is organized as follows: Section II, reviews 

passive SC modulators. Section III introduces the proposed 

modulator topology and shows its insensitivity to process 

variations. Section IV describes the immunity of this topology 

to clock jitter. Section V discusses the impact of comparator 

non-idealities, namely offset and jitter. Section VI discusses 

the implementation of the modulator circuits. Section VII 

introduces device noise model for various modulator circuits. 

Section VIII presents the verification of the model of ADC 

artifacts using detailed circuit level simulation of the complete 

ADC implemented in 0.13µm CMOS.  

 

II. PASSIVE SIGMA-DELTA MODULATORS 

Passive ∆Σ ADC is a promising technology for low voltage 

all-digital radio [3]. In conventional ∆Σ modulators, the loop 

filter transfer function, H(z) (Figure 1), is constructed using 

active filter stages, whether switched-C, Active RC, or Gm-C 
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Fig. 2.  First order filter example 

 

based integrators. Alternatively, in a passive modulator, 

H(z) is implemented using passive switched capacitor filter 

stages [4]. The bandwidth of such filters is made so narrow 

such that most of the signal bandwidth exists within the roll-off 

portion of the passive-filter frequency response. In this 

manner, most of the signal bandwidth sees the roll-off of the 

filter that looks like an integrator and quantization noise is 

shaped. 

To find the transfer function of a passive SC LPF, the circuit 

is partitioned and certain element arrangements are identified 

for each clock phase. This is better explained in the first order- 

filter example shown in Figure 2. 

The circuit shown includes two distinct arrangements of 

capacitors. During clock phase Ф1, C1 is left floating without 

voltage change, whereas CR1 connects directly to a voltage 

source with its old value erased and replaced by the input 

source voltage. During Ф2, capacitors CR1 and C1 connect 

together in a charge-redistribution scenario governed by the 

following relationship: 
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Using Z-transform, we readily obtain the filter transfer 

function as: 
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This equation represents a DT-LPF with unity DC gain. The 

bandwidth, normalized to the clock frequency, is given by (3) 
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Figure 3 shows the circuit diagram of a complete second-order 

passive modulator, where the integrators are replaced by two 

passive SC-LPFs [3]. This is one half of a differential circuit. 

The loop filter is designed to have two poles at frequencies 

much lower than the signal BW.  The splitting of the poles due 

to inter-stage loading, where the second  filter stage changes 

the position of the first stage pole due to its loading effect, 

increases the total baseband noise by only 2 dB compared to 

using a filter with two identical poles [3]. 

Consequently, the loop filter poles can be approximated as 

the poles of each filter stage. Since there is no feedback 

branches except that of the outer loop, a zero needs to be 

inserted in the transfer function in order to adjust loop 

stability. This can be achieved by adding the SC-resistor 

formed by C0 to the second filter. The loop filter transfer 

function is given by 

)()()( 31 zHzHzH ×=  (4) 

where H1(z) and H3(z) are given by (5) and (8) respectively. 

The advantage for this architecture is in its ability to operate 

at very low supply voltage, extremely high sampling rates, and 

its inherent linearity. In addition, it spares the power 

consuming amplifiers. However, since there is no gain inside 

the loop, the comparator has to resolve a very small input 

voltage which imposes high requirements on the comparator 

resolution. The typical voltage swing at the comparator input 

is 100 µV[3]. This makes the comparator non-idealities, offset 

and hysterisis, a limiting factor for the ADC resolution, 

keeping in mind that these non-idealities refer to the input 

without scaling, since there is no DC gain inside the loop. 

Moreover, lack of gain in the filter makes thermal noise a very 

serious problem, since there is no noise down-scaling for 

stages following the first one, conversely they scale-up. This 

limits the SNR of the ADC. This problem further dominates in 

higher order modulators. Due to all these problems, extending 

this architecture to higher order designs seems non-beneficial. 

Many of these problems are mitigated or eliminated if a single 

active stage is inserted in the loop as shown in the next section. 

III. PROPOSED MODULATOR TOPOLOGY 

Figure 4 shows a block diagram of our proposed modulator. 

 
Fig. 3.  Second-order passive SC ∆Σ ADC implementation. 

 

 
Fig. 1.  ∆Σ ADC block diagram. 

 

Authorized licensed use limited to: Sysdsoft wireless word. Downloaded on October 19, 2008 at 10:50 from IEEE Xplore.  Restrictions apply.



This article has been accepted for publication in a future issue of this journal, but has not been fully edited. Content may change prior to final publication.

4661 

 

3 

It is a single-loop third-order cascade-of-integrators, feedback 

form (CIFB), lowpass Σ∆ modulator [5] with a single bit 

quantizer. Single loop modulators are easy to understand, 

simple to design, and capable of achieving high resolution and 

robustness. An active Gm-C stage implements the second-

integrator, whereas the first and third stages are implemented 

using passive SC-LPFs. Previous implementation of 

continuous time (CT) modulators that mix multiple active 

integrators with CT passive filter stages is reported in [6]. 

Although this solution in [6] saves a lot of power 

consumption and shows inherent anti-aliasing, it does not solve 

traditional problems of CT Gm-C modulators, such as jitter 

sensitivity, linearity, and the need for tuning circuitry. Another 

topology uses a CT frontend and an SC integrator for the 

following stages [7]. Such topology achieves inherent 

antialiasing while suffering from the traditional problems of 

CT modulators.  A fully passive CT trial is presented in [8].  

This work achieves a good performance for high resolution, 

low power, and wideband applications. However, the 

implementation needs impractically-large components values 

and suffers from a large discrepancy between circuit and 

system simulation. Moreover, the work in [8] does not suggest 

a solution for traditional problems of CT modulators. 

In this work, we propose the use of passive SC sections for 

both the first and last stages and a CT Gm-C integrator for the 

second stage. The use of an open loop transconductance stage 

with a switched capacitive load is inspired by charge-domain 

sampling circuits [9]. In order to determine the noise transfer 

function (NTF) of the modulator; we use a linear model for the 

quantizer. In conventional Σ∆ modulators, the quantizer is 

modeled as a unity gain buffer with additive white noise. 

However, in PSDM the signal swing at the quantizer input is 

much less than the reference level. Therefore, the quantizer is 

modeled as a gain stage G, followed by additive white noise. 

The factor G is the equivalent gain of the comparator; it is 

defined as the ratio of the output RMS value of the comparator 

to its input rms value [10]. Since the modulator is a nonlinear 

block, this gain can be only determined by simulation. 

However, there is a good estimate for this gain which makes 

the loop-gain at half the clock frequency fs/2, equals to unity 

[3]. This arises from the fact that the modulator will produce a 

pattern of equal ones and zeros when its input is zero, then it 

looks as it is oscillating at fs/2. 

The ideal SC LPF transfer function of the first filter stage 

H1(z) is: 
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The second integrator stage is shown in Figure 4. It is 

implemented as an active CT Gm-C integrator. However, the 

capacitor is connected only for one clock phase, Ф1, and then 

disconnected for the other clock phase. During clock phase Ф1, 

the transconductance cell (Gm) injects a current proportional to 

its input voltage during the clock 'on' time, ton. 

When the clock goes low, switches turn off and the charge 

is held on the capacitor until the next clock cycle arrives.  The 

ideal transfer function of this integrator is given by: 
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The infinite input impedance of the integrator provides 

complete isolation between the first stage and other stages. 

However, the finite DC gain of the OTA, due to its finite 

output impedance rout, modifies the transfer function of the 

integrator. The integrator is better modeled as an amplifier of 

gain (Gm2.rout), with a finite pole defined by rout and C2. This 

leads to a linear settling behavior with a time constant equals 

rout.C2, as shown in (7). 
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The third stage is also an SC LPF stage. However, a zero is 

inserted in the transfer function by adding the SC-resistor C0 in 

order to adjust loop stability. The SC capacitor implementation 

of this stage is shown on Figure 5. The transfer function of this 

filter is given by: 
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Fig. 5.  Third filter stage H3(z ). 

 

 
Fig. 4.  Proposed ∆Σ ADC block diagram. 
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The loading effect between the second and third stages 

slightly changes the gain and pole position of the integrator 

transfer function. To capture this effect, the transfer functions 

of the second and third stages are solved simultaneously. This 

leads to the following transfer function 
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The feedback coefficient a2 is adjusted using a potential 

divider from a reference voltage. For more accuracy and 

process independence, the resistive divider may be 

implemented using a SC implementation. 

The noise transfer function, NTF(z), of this modulator is 

given by: 
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where, G is the comparator gain. Substituting in H1(z), H2(z), 

H3(z) by their corresponding transfer functions, we obtain the 

following expression: 
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Equation (11) shows that this modulator has a third-order 

NTF, with three zeros and two poles. The parameters p1, p2, p3 

K1, K2, K3, a2, z3 are used to optimize the modulator 

performance. i.e., to get the maximum possible SNDR while 

maintain loop stability. 

The structure in Figure 4 realizes a low-pass, third-order 

noise shaping transfer function NTF. The modulator 

performance is optimized by sweeping all these parameters to 

get the optimum performance. The NTF was designed under 

the standard constraints of ∆Σ modulator design: maximum in-

band suppression for noise, and small out of band gain to help 

modulator stability. It does not only aim to maximize the 

SNDR. It also achieves minimal capacitors ratio spread, good 

stability over slight drift of the poles. Moreover, it guarantees 

minor degradation of the SNDR due to jitter and device noise, 

which is dependent on the poles position in this modulator 

unlike other architectures. A thorough discussion of the last 

issue is presented in the coming sections. 

The modulator is first simulated using a time-domain model 

to find the exact value of the quantizer gain (G). The resulting 

pole-zero plot for the modulator NTF is shown in Figure 6-a, 

and the associated half-band magnitude response (i.e., from 0 

to fs/2) in Figure 6-b; note that the zeros are not located exactly 

at DC due to the finite bandwidth of the filters. 

The signal transfer function (STF) pole-zero plot is shown 

in Figure 7-a, and its magnitude response in Figure 7-b. It has 

flat in-band gain for a bandwidth of more than 30 MHz. The 

use of a multiple-feedback structure enables a flat bandwidth 

without any peaking. 

The PSD of the modulator output is shown in Figure 8. This 

figure shows a good agreement with the predicted NTF. 

Finally, the output SNDR versus input signal magnitude is 

shown in Figure 9, it shows a peak SNDR of 56 dB, and a 

dynamic range of 57 dB, over a 10 MHz bandwidth at an OSR 

of 32. 

 

IV. CLOCK JITTER IMMUNITY 

In discrete-time ∆Σ modulators, timing jitter of the clock 

penalizes the SNR to a very little extent. As long as the settling 

time constant is much less than the clock on-time, it does not 

matter whether the clock on-time is constant or not. The error 

charge per clock cycle for a capacitor pair C1, C2, connected 

by a switch with on-resistance Ron can be approximated by 

  
(a)             (b) 

 

Fig. 7.  noise transfer function. (a) Pole-zero constellation. 

(b) Magnitude response. 

 

  
(a)             (b) 

 

Fig. 6.  noise transfer function. (a) Pole-zero constellation. 

(b) Magnitude response. 

 

Authorized licensed use limited to: Sysdsoft wireless word. Downloaded on October 19, 2008 at 10:50 from IEEE Xplore.  Restrictions apply.



This article has been accepted for publication in a future issue of this journal, but has not been fully edited. Content may change prior to final publication.

4661 

 

5 

2

2

2

22











⋅⋅=

−

τσσ
ont

on

c

s

on

sq e
R

U

T

t  (12) 

where τ=Ron.C, C= (C1C2)/(C1+C2), Uc is the capacitor 

voltage, σs is the clock jitter, Ts and ton are the clock period and 

on-time respectively [11]. 

The worst case for Uc occurs when it is equal to the 

reference voltage. In such case equation (12) becomes 
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The factor J represents the jitter rms voltage without the 

exponential degradation. 

In continuous-time ∆Σ modulators, jitter is given by 
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We can see that noise due to sample time jitter is reduced by 

a factor of exp(-ton/τ) in DT modulators in comparison to that 

of CT modulators [11]. If the settling time constant is much 

less than the clock on-time, jitter noise will be greatly 

suppressed in discrete-time modulators. However, in 

continuous-time modulators, this factor does not exist because 

the charge is conveyed to capacitors at a constant pace. This 

makes the degradation of the SNR due to time jitter a major 

concern in continuous-time ∆Σ modulators. Imprudent design 

of the clock circuitry, which generates the feedback D/A clock, 

introduces too much jitter on the DAC feedback pulse 

degrading the performance of the modulator. e.g., to obtain a 

modulator with a resolution of 10-bits, the jitter, normalized to 

clock on-time, should be less than (0.1%) multiplied by the 

square root of the over-sampling ratio. 

In our proposed modulator, the second stage is a 

continuous-time integrator, with discrete-time input and 

feedback signals. This makes the clock time jitter affecting the 

integration time and hence the charge stored on the integrator 

capacitor just like the case of conventional CT modulators.  

Since there is no gain in the first stage, the noise due to jitter 

increases when it is referred to the modulator input. However, 

since jitter power is proportional to the signal magnitude of the 

signal envelope at the integrator input, as 

shown by (12), small signal swings at the integrator input 

directly scales down jitter noise. This is the case in our 

proposed modulator since we have a passive stage before the 

active integrator which makes the signal swing very small (few 

millivolts). 

This can be better explained by the following analysis for 

the circuit shown in Figure 10. Figure 10-a shows that there 

are two jitter noise sources. One coming from the feedback 

signal, and the other one coming from the direct path itself. To 

simplify the analysis, we can refer the feedback path to the 

input by dividing it by the first filter transfer function H1(z) as 

shown in Figure 10-b. The jitter noise can be calculated as 
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where Vx, Vy are the voltages at nodes x and y respectively, and 

nx is the jitter equivalent noise voltage at node x. 

 The jitter itself can be referred to the input by dividing it by 

H1(z), which represents a lowpass transfer function with a DC 

attenuation factor of 0.5 (explained in the following section). 

Accordingly, jitter noise becomes larger than its value at node 

x if referred to the modulator input.  This might give the 

impression that the jitter noise problem is made even worse 

than the case of CT modulators, where the jitter noise is 

present at the input without the scaling function. However, 

(15) indicates that the jitter power is directly proportional to 

the amplitude of the signal at node x, the input signal to the CT 

integrator. This signal is the output of a passive LPF, with its 

amplitude much smaller than the reference level. Assuming 

that the signal envelope at node x has an amplitude of B, 

 normalized to the reference level. Jitter can be represented 

by an additive white Gaussian noise source with standard 

deviation σx given be the following relationship: 
2
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Fig. 9.  SNDR versus input signal amplitude. 

 

 

 
Fig. 8.  PSD of the modulator output. 

 

Authorized licensed use limited to: Sysdsoft wireless word. Downloaded on October 19, 2008 at 10:50 from IEEE Xplore.  Restrictions apply.



This article has been accepted for publication in a future issue of this journal, but has not been fully edited. Content may change prior to final publication.

4661 

 

6 

 
 

 
where Sin(f) and Sx(f) are the power spectral densities of the 

equivalent noise voltages at the input and at node x 

respectively. 

Using (17), it is evident that the equivalent input jitter noise 

is the same as in continuous-time ∆Σ modulators, but 

multiplied by the term (B/H1)
2
. This term represents a scaling 

factor B, and a first order noise shaping function H1(z). 

The signal amplitude, B, is hard to predict due to system 

nonlinearity. However, it is eveident that B is much lower than 

the reference level due to the filtering effect of H1(z). Keeping 

in mind that H1(z) reduces the signal envelope by filtering the 

out-of-band spectrum, without attenuating the inband signal 

significantly. Simulations show that its value is orders of 

magnitude smaller than the reference level. Keeping in mind 

that the transfer function H1(z) is flat over most of the signal 

BW, the inband jitter noise power is attenuated by more than 

an order of magnitude compared to continuous-time ∆Σ 

modulators. The signal amplitude, B, can be further reduced by 

narrowing the BW of the first filter H1(z). However, decreasing 

this bandwidth well beyond the bandwidth of the input signal 

increases the noise power spectrum within the 

signal band. A trade-off has to be made in to achieve the 

optimum design. This makes the jitter noise a design parameter 

for the NTF, like quantization noise. Figure 11 shows the 

degradation of the SNR with different jitter values for CT, DT 

(ideal) modulators compared to our proposed ∆Σ modulator. 

This figure shows the immunity of the proposed architecture to 

time jitter compared to continuous-time ∆Σ modulators, where 

the jitter effect on the SNDR degradation has been decreased 

substantially.  

 

V. COMPARATOR OFFSET 

Comparator non-idealities, like offset and hysterisis, are 

considered the major limiting factor in defining the comparator 

accuracy in data converters like flash and successive 

approximation ADCs. However, the performance of delta 

sigma data converters is not degraded substantially due to 

these non-idealities. In a ∆Σ loop, comparator offset and 

hysterisis are divided by the integrators finite DC gain

Fig. 12. Variation of maximum acceptable offset with OTA 

transconductance. 

 

 

 
Fig. 10.  System block diagram.  (a) With added jitter. (b) Simplified block diagram. 

 

 
Fig. 11.  SNDR degradation versus jitter. 
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when it is referred to the modulator input. Thus, the effective 

ADC offset becomes less than the actual comparator offset by 

orders of magnitude (up to hundreds of dBs). This makes the 

comparator design the easiest. On the other hand, for passive 

delta sigma ADCs, there is no DC gain in the stages preceding 

the comparator. Thus, the comparator non-idealities become a 

limiting factor in the ADC design, where the modulator offset 

is defined by that of the comparator. 

Our proposed architecture provides a DC gain in the active 

integrator stage. Therefore, the offset is decreased by the DC 

gain of this stage. Although this gain is less than that of 

conventional third order modulators where the gain is provided 

by a cascade of three OTA stages, it could be designed to 

exhibit sufficient insensitivity to comparator offset and 

hysterisis. Increasing the transconductance of the integrator, 

and consequently increasing the DC gain of the OTA, 

enhances the modulator performance. Figure 12 shows the 

linear dependence of the maximum acceptable comparator 

offset on the OTA transconductance. Using this design 

methodology, the minimum integrator transconductance can be 

found for a given comparator offset. 

 

VI. IMPLEMENTATION OF THE ∆Σ MODULATOR 

Figure 13 shows the block diagram of the ∆Σ modulator. A 

third-order feedback loop filter is implemented with three real 

poles, and two real zeros, as described in Section III. 

The loop filter can be implemented with complex zeros by 

using local resonator feedback topology, yet this makes the 

design sensitive to process variations. This is because the 

transconductance of the second integrator, Gm, will be 

involved in locating the poles. A single-bit quantizer is used to 

avoid DAC nonlinearity.  

A. Active Integrator Stage 

A half circuit representation of the integrator is shown in 

Figure 14. The OTA used in this design is a single-stage 

folded-cascode OTA to reduce the power consumption and 

allow for a reasonable reference voltage. The use of the 

cascode structure increases the transconductor output 

resistance, which is favorable for transconductor design at the 

cost of reducing the maximum output swing. However, the 

reduced maximum output swing is not a threat in this design 

since behavioral simulations show that the signal swing at the 

transconductor output is already small (less than 100 

millivolts). This enables the use of folded-cascode 

configurations even with 1.2V supply. Thanks to the switched 

nature of this modulator, a switched-capacitor CMFB circuit 

can be used for the OTA. 

In order to make the charge injection from the switches 

signal-independent, the switches connect the bottom plate of 

the capacitors to ground. This fixes the gate-to-source voltage 

and hence the charge in the switches remains fixed as well. 

Moreover, this placement guarantees fixed resistance of the 

switches, which inhibits any nonlinearity expected from switch 

resistance. Finally, to reduce the glitches arising from 

switching, a dummy capacitor, with the same value of the 

original capacitor, is connected to the transconductance output 

in the reset mode. At the end of the reset mode, the OTA 

charges the dummy capacitor to the same voltage reached in 

the previous integration phase. Therefore, the output voltage is 

carried over integration phases.  

 
Fig. 14. Schematic of the integrator. 

 

 
Fig. 13.  Proposed third-order SC ∆Σ ADC implementation. 
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B. Single-Bit Quantizer Circuit 

The single-bit quantizer is realized using a preamplifier, a 

dynamic comparator, and a D-latch, as shown in Figure 15 

[13]. The preamplifier is used to obtain higher resolution and 

to minimize the effect of kickback [14]. The latched 

comparator in Figure 15 is reset each clock cycle to enable 

high speed operation. The last stage is a D-latch which is 

added to obtain an NRZ output signal. 

C. Reference Voltage Driver 

The voltage provided by a bandgap reference and is 

generated over a resistor and thus not suitable for supplying a 

switched capacitor load. Typically the ADCs (pipelined or 

delta-sigma) based on switched-capacitor or switched-opamp 

technique utilize fully differential circuitry which demands the 

reference voltage to be differential. 

The design presented in this section utilizes a driver circuit 

that provides differential reference voltages to the switched 

capacitor load. The proposed driver circuit is shown in Figure 

16. Since the proposed reference generator circuit is originally 

a current domain reference [15], the reference current IREF is 

supplied by the bandgap reference. 

The current is mirrored with transistor M2 to go through a 

series combination of two floating resistors, R1 and R2. These 

resistors are matched with the resistors in the core bandgap 

reference circuit. As a result, the differential reference voltage 

appears across the resistors R1 and R2. A feedback circuit 

consisting of an opamp controlling the current source 

transistor M1 is used to set the common mode level of the 

reference voltages. The bias voltage VREF is generated from the 

bandgap reference circuit itself, and is designed to be equal to 

the common mode level (VDD/2). The generated reference 

voltages at nodes n1 and n2 are buffered with the unity gain 

buffers B1 and B2. The circuit of the buffer B1 is shown in 

Figure 17. The feedback loop is constructed with an amplifier, 

a pass transistor, M1, and an active NMOS load, M2 [16]. 

In designing reference buffers, very small output impedance 

over a wide bandwidth (higher than the sampling frequency) is 

required to be seen by the load capacitance for three main 

reasons. First, to acquire the fast charge transfer requirements 

of high speed operation. Second, to prevent the reference 

modulation by the switched load, i.e., to avoid making the 

reference node a memory for past load voltages. Otherwise, a 

harmonics appears at the modulator output. Further more, to 

 
Fig. 17. Schematic of the slow reference buffer with all integrated and 

external components added. 

 

 
Fig. 16. Driver circuit for generating differential references voltages from the 

current provided by the bandgap reference. 

 

 
Fig. 15.  Schematic of the comparator. 
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avoid interstage cross-coupling. Finally, the buffer circuit is 

required to contribute very low noise, i.e., its noise should be 

well below the quantization noise floor.  

In general, there are two topologies used to achieve such 

small impedance. The first one is to design the buffer with a 

very wide loop bandwidth. The shunt feedback of this circuit is 

responsible for generating the required low output impedance. 

This topology achieves the output impedance requirements, yet 

requires very high power consumption. Moreover, low noise 

performance is very hard to achieve using this topology.  

The other topology is to design the circuit shown in Figure 

17. In this circuit, the loop bandwidth is set to a much lower 

value. At low frequencies, the high loop gain of the buffer 

defines reference impedance. At high frequencies the loop gain 

drops significantly. To maintain the low impedance 

requirements in the high frequency range, a huge external 

capacitor is added to define the reference impedance as shown 

in Figure 18. This reduces the power consumption 

substantially. 

However, the effective series resistance ESR of the external 

capacitor dominates the output impedance at high frequencies, 

which limits the low impedance operation. To avoid this 

problem, a small on-chip capacitor is added. At very high 

frequencies, the small capacitor shorts the ESR of the external 

capacitor. 

 Since the external capacitor needs an external pin, the 

leadframe adds an inductance in series with the external 

capacitor. This inductance causes unwanted ringing of the 

reference voltage. In order to avoid this ringing, a small 

resistance is added in series with the integrated capacitor. In 

other words, a damping network is constructed to eliminate the 

ringing effect. 

D. SC Feedback DAC 

The feedback is implemented with the proper logic circuits. 

The second feedback branch, a2, can be implemented with a 

switched current source, as in the case of conventional CT 

modulators. However, to reduce the power consumption, the 

feedback is implemented by connecting the bottom plate of the 

first stage-output capacitor to the reference voltage scaled by 

the feedback coefficient, with a polarity that is determined by 

the modulator output, during the integration phase of the 

second-stage integrator. This can be shown in Figure 19. 

 

VII. MODELING OF ∆Σ NOISE SOURCES 

There are several noise sources affecting the overall system 

resolution of the ∆Σ ADC. These noise sources come basically 

from device noise of different circuit components. They can be 

classified into two main groups: switches noise, and OTA 

noise. Switch noise is due to the thermal noise of the on-

resistance of the switches [17]. The OTA noise is due to 

thermal and flicker noise of the OTA transistors operating in 

the saturation region. To account for the effect of all these 

noise sources, each noise source is calculated individually, and 

then the transfer function is calculated from the source to the 

modulator output. The calculated output referred noise from 

all the sources is added-up and referred to the input by 

dividing it by the modulator STF [18]. 

A. Switches Noise 

Figure 20 shows part of a passive SC LPF. During clock 

phase φ1, the switch is closed connecting the two capacitors C1 

and C2. But with a finite switch on-resistance Ron. This finite 

resistance introduces thermal noise to the circuit.  

The noise due to a switch with an on-resistance Ron can 

simply be modeled by a white noise source with power 

spectrum density equals 4KTRon. This noise is then filtered by 

an RC section with a resistance equals to Ron, and a 

capacitance equals (C1*C2) / (C1+C2). Therefore, the PSD and 

the total integrated noise on the output capacitor C2 can be 

given by 
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where, 

 
Fig. 19. Schematic of the integrator with switched capacitor feedback. 

 

 
Fig. 18. Output impedance vs. frequency curve. 
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This noise is sampled at the end of the sampling phase, and 

held for the next clock phase. The voltage at each node in an 

SC circuit perfectly settles within the ADC accuracy limit 

because the RC time constant is much less than the clock 

period. This means that the switch noise is under-sampled, and 

all its power is folded into the range from 0 to fs. Moreover, the 

spectrum of this sampled noise looks “white” with a PSD 

equal to the total noise divided by the clock sampling 

frequency. Thus, the PSD of the sampled noise on the output 

capacitor C2 is defined as 
2
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Similarly, the noise on the other capacitor, C1, is given by 

(20) 
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This type of noise can be modeled by inserting a discrete 

time white noise source during clock phase φ1, as shown in 

Figure 21. The PSD of this source is given by 
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n
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 (21) 

The single sided representation of the PSD of this source is 

given by 
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 (22) 

Thermal noise resulting from the finite on-resistance of each 

switch is calculated by this approach and replaced by the 

appropriate equivalent discrete-time noise source. 

The last contributing noise source is the one due to the on-

resistance of the integrator feedback switch during the 

integration phase as shown in Figure 22. Unlike other sources, 

this noise source is integrated over a very narrow bandwidth 

(finite integrator bandwidth). Hence, switch thermal noise is 

no longer wideband, and no noise folding takes place. The 

power spectral density of this noise source can be simply given 

by: 

onn RTkfS ⋅⋅⋅= 4)(
6

 (23) 

The transfer function from this source to the modulator 

output is given by 

)(

1
)(

12
6 zHa

zH n +
=  

Finally, the input referred switch noise can be found by 

dividing the output noise by the STF: 
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1
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+
=  (24) 

B. OTA Noise 

Next, we consider the estimation of noise in the OTA. As an 

illustration, a differential pair is shown in Figure 23, along 

with its thermal noise current sources [19]. 

The noise current in each transistor is composed of both 

thermal and flicker noise. The PSD of the thermal noise 

current can be given by 

mi gTkfS
t

⋅⋅⋅⋅= γ4)(  (25) 

where γ is the MOS device noise factor. Flicker noise or 1/f 

noise is usually modeled as a series noise voltage source 

connected to the gate of the MOS transistor. The PSD of this 

voltage is approximately given by 

fLW

K
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fv ⋅⋅
=)(  (26) 

where W and L are the width and length of the channel, and K 

is a fabrication parameter. 

It can be readily shown that the noise current of the tail 

device Q5 does not contribute to the output current under ideal 

matching conditions. Combining the thermal noise from 

different transistors, the total thermal noise of the OTA may be 

represented by a single equivalent noise voltage source at the 

gate of Q1,2. Its PSD is 
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Fig. 22. Equivalent circuit for the FB switch noise. 

 

 
Fig. 21. Switch equivalent DT noise source. 

 

 
Fig. 20. Switch equivalent circuit for both clock phases with switch 

resistance included. 
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The total thermal noise in the folded cascode OTA shown in 

Figure 24 is slightly larger than this value. Since the transistor 

M5,6, M7,8, M9,10 contribute noise. However, the noise of the 

cascode devices is negligible (scaled down by a factor of gmrds) 

[12]. Leaving M1,2, M3,4, M9,10 as potentially significant 

sources. The total equivalent input noise can be calculated by 

finding the noise contribution of each transistor to the output 

node, then dividing these quantities by (gm1,2.Rout)
2
 to obtain 

the overall thermal noise PSD:  
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The effect of flicker noise can be included in a similar 

manner leading to the formula given by (29) 
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Equations (28), (29) represent the OTA equivalent input 

noise for continuous time operation. However, these values are 

still valid for the switched environment of the integrator. The 

reason is that the OTA noise is integrated over a very narrow 

bandwidth (the integrator’s finite bandwidth). 

 
Therefore, no noise folding takes place, and the noise 

spectrum remains unchanged. Finally, the transfer function 

from the integrator input to the output of the modulator can be 

defined as: 

)(

1
)(

12 zHa
zH

OTAn +
=  (30) 

The input referred noise can be calculated by multiplying 

equations (28), (29) by their corresponding NTF(z) given by 

equation (30), and then dividing by the signal transfer function 

given by (24). Figure25 shows a simulation of the input 

referred noise from different modulator stages. It shows that 

the first integrator “filter” stage has the largest noise 

contribution. The noise from the second stage is not scaled 

down, since there is no DC gain provided by the first stage. 

However, this noise is still much less than that of the first stage 

since there is no noise folding effect for the OTA noise.  

The PSD of the total input referred noise with a test tone 

inserted at the maximum level is shown in Figure 26. This 

figure shows that noise from the switches is much lower than 

that of the quantization noise. Thus, the modulator 

performance is primarily dominated by quantization and jitter 

noise. 

 
Fig. 26. PSD of the input referred device noise. 

 

 
Fig. 25. Input referred noise from different circuit components. 

 

 
Fig. 24. Noise sources in a folded-cascode CMOS OTA. 

 

 
Fig. 23. Noise sources in a simple CMOS OTA. 
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VIII. SIMULATION  RESULTS 

The modulator was implemented in a 0.13-µm 1P8M 

CMOS process. A full circuit simulation of the modulator is 

carried out using a commercial simulator, Spectre from 

Cadence design systems. Figure 27 shows the maximum 

SNDR plot versus input signal bandwidth for three different 

process corners. The insensitivity to process variation is 

noticed, where there is only 4dB deviation from the results 

with typical mean models. This figure also shows a close 

match between the circuit and system level simulation, and 

coincidence with the fast model “FF”, where parasitic effects 

have minimum contribution. Figure 28 shows the SNDR plot 

versus input signal amplitude for both circuit and system level 

simulations over a 10MHz bandwidth at an OSR of 32. The 

error grows for large amplitudes due to circuit non-linearity. 

This figure shows that the dynamic-range predicted from 

behavioral simulations is 52dB, while the circuit level 

simulations gives 54dB. 

This positively surprising result comes from a slight change 

in the NTF poles due to circuit parasitics. The circuit level 

simulation with FAST model corners, where the parasitic 

capacitances are minimized, exactly coincides with the 

behavioral simulations. 

An example plot output spectrum at signal amplitude of -

6dBR is shown in Figure (29-a) and the behavioral simulation 

is in Figure (29-b). This circuit consumes less than 7 mW with 

a 1.2 V power supply, the power consumption is almost evenly 

divided between the active stage and the comparator. 

However, decreasing the power consumption to 5.5mW by 

decreasing the active integrator current, and hence the 

transconductance, does not degrade the DR over all process 

corners. This verifies the insensitivity of this topology to 

process variations. Table I compares of the performance of the 

proposed modulator with recently reported modulators 

operating with low-voltage power supply. The figure-of-merit 

(FOM) shown in the table is defined as where ENOB = 

(SNDR [dB] – 1.76) / 6.02. 

 
Compared to other continuous-time modulators operating at 

1.8 V or below, the presented modulator operates at the lowest 

supply voltage while maintaining an excellent FOM. The last 

four rows in Table I include CT implementations of low-

voltage modulators, which do not show much better FOM 

while suffering from jitter and process variation issues. The 

presented modulator has the best FOM for modulators 

implemented with SC circuits while not using any special 

process options. 

 

(a) 

(b) 

 
Fig. 29. Output spectrum at maximum signal level.. (a) circuit level 

simulation.  (b) behavioral simulation. 

 

 
Fig. 28. SDNR versus input signal amplitude: circuit level versus behavioral 

simulation. 

 
 

Fig. 27. Dynamic range versus input signal bandwidth. 
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IX. CONCLUSIONS 

The combination of passive and active modulator 

architectures can achieve high resolution wideband 

performance at low power consumption and cost. The use of 

one continuous time integrator significantly simplifies the 

high data rate requirement. Inserting the CT active stage in 

passive discrete time environment solves most of the 

problems encountered in conventional CT modulators. 

Design issues for an active-passive modulator are discussed. 

Post-layout simulation results prove that our modulator is 

highly efficient for low power, high resolution, and 

wideband applications. 

REFERENCES 

[1] Mohamed Dessouky, and Andreas Kaiser, “Very Low-Voltage 

Digital-Audio ∆Σ Modulator with 88-dB Dynamic Range Using 

Local Switch Bootstrapping,” IEEE J. Solid-State Circuits, vol. 36 

no. 3, pp. 349-355, March 2001. 

[2] Jan Crols, and Michel Steyaert, “Switched-Opamp: An approach to 

Realize Full CMOS Switched-Capacitor Circuits at Very Low-Power 

Supply Voltages,” IEEE J. Solid-State Circuits, vol. 29 no. 8, pp. 

936-942, August 1994. 

[3] Feng Chen, and Bosco Leung, “A 0.25-mW Low-Pass Passive 

Sigma−Delta Modulator with Built-In Mixer for a 10-MHz IF 

Input,” IEEE J. Solid-State Circuits, vol. 32 no. 6, pp. 774-781, June 

1997. 

[4] Feng Chen, Srinath Ramaswamy, and Bertan Bakkaloglu, “A 1.5V 

1mA Passive DS ADC in 0.13µm Digital CMOS Process,” In Proc. 

Of Intl. Solid-State Cir. Conf , San Fransisco, 2003. 

[5] Richard Schreier and Gabor C. Temes, Understanding Delta-Sigma 

Data Converters, John Wiley & Sons, 2005. 

[6] Abhiijit Das, Rahmi Hezar, Russel Byrd, Gabriel Gomez, and Baher 

Haroun, “A 4th-order CT ∆Σ ADC with Two Amplifiers in 90nm 

CMOS,” In Proc. Of Intl. Solid-State Cir. Conf , San Fransisco, 

2005. 

[7] Paul Morrow, Maria Chamarro, Colin Lyden, Pablo Ventura, 

Andrew Abo, Atsushi Matamura, Michael Keane, Richard O’Brien, 

Paschal Minogue, Johan Mansson, Niall McGuinness, Martin Mc 

Granaghan, and Ivan Ryan, “A 0.18µm 102dB-SNR Mixed CT SC 

Audio-Band ∆Σ ADC,” In Proc. Of Intl. Solid-State Cir. Conf , San 

Fransisco, 2005. 

[8] Fuyue Wang, Qiao Meng, Yong Liang, “A 1.8V, 14.5mW 2nd order 

passive wideband sigma-delta modulator,” 2005 International 

Conference on Communications, Circuits and Systems, 

2005.Proceedings, vol. 2, pp. 1101-1105. 

[9] Sami Karvonen. Thomas A. D. Riley, and Juha Kostamovaara “A 

CMOS quadrature Charge-Domain Sampling Circuit With 66-dB 

SFDR Up to 100 MHz,” IEEE Trans. on Circuits and Systems-I 

Regular Papers, vol. 52, no.2, pp. 292-304, February 2005. 

[10] Sasan H. Ardalan, and John J. Paulos, “An Analysis of Nonlinear 

Behavior in Delta-Sigma Modulators,” IEEE Trans. on Circuits and 

Systems, vol. CAS-34, no.6, June 1987. 

[11] Robert H. M. van Veldhoven, “A Triple-Mode Continuous-Time 

Modulator With Switched-Capacitor Feedback DAC for a GSM-

EDGE/CDMA2000/UMTS Receiver,” IEEE J. Solid-State Circuits, 

vol. 38 no. 12, pp. 2069-2076, December 2003. 

[12] Behzad Razavi, Design of Analog CMOS Integrated Circuits, 

McGRAW HILL Edition, 2001. 

[13] Michael Choi, and Asad A. Abidi, “a 6-b 1.3-Gsample/s A/D 

Converter in 0.35µm CMOS,” IEEE J. Solid-State Circuits, vol. 36 

no. 12, pp. 1847-1858, December 2001. 

[14] David A. Johns, and Ken Martin, Analog Integrated Circuit Design, 

John Wiley & Sons, Inc., 1997. 

[15] Hironori Banba, Hitoshi Shiga, Akira Umezawa, Takeshi Miyaba, 

Toru Tanzawa, Shigeru Atsumi, and Koji Sakui, “A CMOS Bandgap 

Reference Circuit with Sub-1-V Operations,” IEEE J. Solid-State 

Circuits, vol. 34 no. 5, pp. 670-674, May 1999. 

[16] Mikko Waltari and Kari Halonen, “Reference voltage driver for low-

voltage CMOS A/D converters,” IEEE International Conference on 

Electronics, Circuits and Systems, 2000. ICECS 2000, pp. 28 - 31 

vol.1 

[17] Emad Hegazi, and Nikolaus Klemmer, “Accurate Modeling of noise 

in Switched-C ∆Σ Analog-to-Digital Converters,” IEEE Trans. on 

Circuits and Systems-I Regular Papers, vol. 52, no.11, pp. 2319-

2326, November 2005. 

[18] Manolis Terrovitis, and Kenneth Kundert, “Device Noise Simulation 

of ∆Σ Modulators,” http:/ /www.designers-

guide.com/Analysis/delta-sigma.pdf, Aug. 1999. 

[19] Richard Schreier, José Silva, Jesper Steensgaard, and Gabor C. 

Temes, “Design-Oriented Estimation of Thermal Noise in Switched-

Capacitor Circuits,” IEEE Trans. on Circuits and Systems-I Regular 

Papers, vol. 52, no.11, pp. 2358-2367, November 2005. 

[20] Thomas Christen, Thomas Burger, and Qiuting Huang, “A 0.13µm 

CMOS EDGE/UMTS/WLAN Tri-Mode ∆Σ ADC with -92dB 

THD,” In Proc. Of Intl. Solid-State Cir. Conf , San Fransisco, 2007. 

[21] Lucien J.Breems, Robert Rutten, and Gunnar Wetzker, “A Cascaded 

Continuous-Time Σ∆ Modulator With 67-dB Dynamic Range in 10-

MHz Bandwidth,” IEEE J. Solid-State Circuits, vol. 39 no. 12, pp. 

2152-2160, December 2004. 

[22]  Lucien J. Breems, Robert Rutten, Robert van Veldhoven, Gerard 

van der Weide, Henk Termeer, “A 56mW CT Quadrature Cascaded 

TABLE I 

PERFORMANCE COMPARISON 

Reference 
VDD 

[V] 
Type 

DR 

[dB] 

Bandwidth 

[MHz] 

Power 

[mW] 

CMOS 

[µm] 
OSR 

FOM 

[pJ/conv.] 

Christen 

2007 [20] 
1.2 SC 67 10 20.5 0.13 12 0.9 

This work 1.2 
APDSM-

SC 
54 10 5.5 0.13 32 0.55 

A. Das 2005 

[6] 
1.3 

APDSM-

CT 
86 0.6 5.4 0.09 213 0.23 

Breems 2004 

[21] 
1.8 CT 67 10 122 0.18 8 2.7 

Breems 2007 

[22] 
1.2 CT 77 10 56 0.09 17 0.2 

S. Ouzounov 

2007 [23] 
1.2 CT 52 10 7 0.09 20 0.8 
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